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Abstract—This work presents the design and implementation of
a 2-V cellular transceiver front-end in a standard 0.25- m CMOS
technology. The prototype integrates a low-IF receiver (low noise
amplifier, I/Q mixers, and VGAs) and a direct-upconversion transmitter (I/Q mixers and pre-amplifier) on a single die together with
a complete phase-locked loop, including a 64/79 prescaler, a fully
integrated loop filter, and a quadrature voltage-controlled oscillator with on-chip inductors. Design trade-offs have been made
over the boundaries of the different building blocks to optimize
the overall system performance. All building blocks feature circuit
topologies that enable comfortable operation at low voltage. As a
result, the IC operates from a power supply of only 2 V, while consuming 191 mW in receiver (RX) mode and 160 mW in transmitter
(TX) mode. To build a complete transceiver system for 1.8-GHz cellular communication, only an antenna, an antenna filter, a power
amplifier, and a digital baseband chip must be added to the analog
front-end. This work shows the potential of achieving the analog
performance required for the class I/II DCS-1800 cellular system
in a standard 0.25- m CMOS technology, without tuning or trimming.

I. TRANSCEIVER ARCHITECTURE

T

HE TOPOLOGY of the implemented CMOS transceiver
front-end is shown in Fig. 1. The transceiver IC integrates
a low-IF quadrature receiver, a direct upconversion transmitter,
and a fully integrated phase-locked loop (PLL) synthesizer—including LC tank and loop filter—on the same CMOS die. The
receive path consists of a low noise amplifier (LNA), a quadrature mixer, and an LF VGA filter. The transmit path consists of
a quadrature upconversion mixer and an RF output driver. The
PLL contains a fully integrated polyphase quadrature voltagecontrolled oscillator (VCO), a 64/79 modulus prescaler, a phasefrequency detector, and an on-chip loop filter with linearization.
A complete 1.8-GHz cellular system (Fig. 1) can be built
by flanking the transceiver IC with an antenna filter/switch, a
power amplifier, a cristal reference, and a digital baseband chip,
containing the A/D, D/A, and the all-digital delta–sigma fractional- PLL steering.
A low-IF/direct upconversion architecture has been selected
because of its excellent integratability. Since the image rejection and the channel selection do not rely on high- filtering,
in principle no external filters are required. In the receiver, the
image rejection is done by quadrature down-mixing, while in the
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Fig. 1. Transceiver front-end in a complete solution for DCS-1800.

transmit path, the image is canceled due to the quadrature upconversion. The only remaining external filter is the preselector
filter, which is directly positioned behind the antenna. This is,
however, no real limitation since today’s cellular applications
always require a switch multiplexer or duplex filter.
Moreover, due to the absence of the external filters in this architecture, the number of external RF nodes is greatly reduced
with respect to a heterodyne topology. Only the receiver (RX)
input and the transmitter (TX) output are connected to the outside world. All other high-frequency signals remain on chip.
This means that the (external) passives that were previously
transforming the local on-chip impedance down to the characteristic impedance of the IF or interstage filters are no longer
needed. Also, the robustness of the architecture is improved because the interaction with the package parasitics is minimized.
Sensitive nodes are not brought outside, decreasing the sensitivity to interference and crosstalk.
The architecture also fully exploits the power of digital
signal processing. Apart from the coarse channel select filter,
which also functions as antialiasing filter, and some signal
conditioning, the rest of the operations in the receive path, such
as image rejection, channel selection and demodulation, are
carried out in the digital domain by a digital signal processor
(DSP). This is an attractive property, since the digital domain is
after all the natural biotope of CMOS. Additionally, in contrast
to the analog part, the digital part features a much better
scalability (i.e., portability toward next process generations)
and a great flexibility (i.e., software reconfigurable chip).
The low-IF architecture features the same high degree of integration as a zero-IF receiver, however, it is less susceptible
noise and dc offset [18]. As long as the A/D converters
to
have enough dynamic range, the dc-offset can be removed in the
DSP without loss of information or degradation of the quadrature relation. In addition, a careful choice of the low IF allows
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Fig. 2.
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LNA and mixer topology.

only 6% of the incident power is reflected. The LNA directly
drives the downconversion mixer without intermediate image
filter, avoiding an LNA output matching circuit and a costly external filter component. The on-chip inductor at the LNA output
resonates against the load capacitance of the and mixers,
centering the gain at 1.84 GHz. The LNA features a noise figure
of only 2.2 dB at a power of 10 mW.
Each downconversion mixer employs a cascoded current-folding switching mixer topology (Fig. 2). The folding
mechanism allows low-voltage operation while enabling the
insertion of a cascode transistor M2 to reduce local oscillator
(LO) leakage and LO self-mixing and to increase mixer
of the input transconductor M1
linearity. The large
sets the mixer IP to 17 dBV (224 mV rms). To keep the
feedback capacitance of the VGA small, the transconductance
of M1 must be kept to a minimum. However, noise and offset
considerations put a lower bound on the transconductance.
of the top current source M4 is reThe limited
sponsible for a lot of noise. The noise contribution of M4 is reduced by supplying a large part of the current of M1 through a
pMOS bleeder M3. Because M3 can be biased at a much higher
than M4, for the same amount of current its transconductance and hence its noise contribution can be made much
lower. In addition, the capacitance on the switching node is reduced, leading to a higher pole frequency and consequently an
increased mixer efficiency. The contribution of M3 to the capacitance on the cascode node remains small because of its small
size. In principle, the current through M2 can be lowered until
the pole on the cascode node is degraded. In practice, the minimum current is set by the maximum input signal of the mixer:
(1)

Fig. 3. VGA topology.

for a significant relaxation of the required quadrature accuracy
specification. In this transceiver, an IF of 100 kHz is selected because it ensures that the mirror signal is the signal in the adjacent
channel. Because the signal in the adjacent channel is maximally
only 9 dB higher than the wanted signal [17], the quadrature accuracy specification is set by the second adjacent channel and
the required transmitter accuracy.
II. RECEIVE PATH
The low-IF receiver consists of an LNA connected to two
( and ) downconversion mixers (Fig. 2) followed by a variable gain amplifier filter (Fig. 3). The front-end converts the RF
signal into a differential and signal, centered at an 100-kHz
A/D conversion, channel selection, mirror suppression,
IF.
and additional AGC is assigned to a digital CMOS baseband
chip (Fig. 1).
The LNA employs a classical cascode topology [1] that is
input matched using inductive source degeneration through an
on-chip spiral inductor. The slightly lower input impedance of
30 improves the LNA gain by about 1 dB compared to an
exact 50- match. In the original technique [2], [3], an extra
matching section is introduced between the 50- source and
the 30- LNA input. However, this LNA does not employ such
is already 12 dB, which means that
a section since the

The size of the pMOS switches M5 is determined as a
compromise between input capacitance, loss due to the pole
at the switch node, dc offset, white noise, and residual
noise injected due to incomplete switching. The
of
M6 is made as large as possible to lower the injected noise
current. In addition, its area is maximized to suppress the
noise. A common-mode feedback (CMFB) circuit sets the
common-mode level on the interface between mixer and VGA
to 1 V. This feedback is necessary because the common-mode
input impedance of the VGA is high. Note that the gate capacitance of M6 determines the nondominant pole of the CMFB
circuit.
The VGA, shown in Fig. 3, consists of a two-stage fully differential Miller operational transconductance amplifier (OTA)
with a bank of highly matched RC transimpedance elements
(8R1C, 8R1C, 4R2C, 2R4C, 1R8C). Apart from the VGA function, the RC transimpedance performs first-order filtering of the
blocking signals and acts as a coarse antialias filter. The gain of
the VGA can progressively be decreased by 6 dB by connecting
the transimpedance elements in parallel. The VGA switches
must be placed at the virtual ground of the OTA in order not
to cause distortion. The common-mode output voltage of the
VGA is controlled by an additional CMFB circuit. The low differential-mode input impedance of the transimpedance amplifier ensures a maximum transfer of current from the mixer to the
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Fig. 4. PLL topology.

VGA. In addition, this structure exploits the linearity of passive
elements and high-gain OTAs to provide a rail-to-rail output at
minimum distortion. Due to the large loop gain, the output of
the VGA stays very linear until the 1-dB compression point of
15 dBV (224 mV rms) is reached.

III. PLL FREQUENCY SYNTHESIZER
The LO signal for both the RX and TX path is generated by a
fully integrated fourth-order type-II PLL frequency synthesizer
which is included in the transceiver chip (Fig. 4). A quadrature LC-tank VCO as well as a fourth-order 35-kHz low-pass
loop filter are integrated on-chip. By integrating the loop filter
and the VCO, no external HF nodes are present, reducing transmitted signal pickup and power consumption. Furthermore, a
64/79 high-speed prescaler, a phase-frequency detector with no
dead zone, a dual charge pump, and a three-step equalizer are
implemented. To synthesize the 200-kHz channel spacing, required by the DCS-1800 standard, delta–sigma fractional- division [4] must be applied, which is purely digital and therefore
in the chip partitioning assigned to the CMOS digital baseband
processor (Fig. 1).
The high-speed division of the prescaler is done with two
dynamic single transistor clocked logic (DSTC) n-latches
[5], forming a differential dynamic D-flip-flop, which is
clocked by the differential output signal of the VCO. The
flip-flop operates with rail-to-rail internal signals to minimize
the residual prescaler phase noise. The 16-modulus division
(64/79) is implemented with the phase-switching topology [6].
The different divide factors are generated by switching between
the 90 spaced output phases of the second flip-flop, whose
output is the input signal divided by four. When the 90 spacing
is not ideal, spurs can be generated at 1/4, 2/4, and 3/4 of 26
MHz (the PLL reference frequency). By careful layout and

circuit design, the spurs are suppressed to values that could not
even be measured with the spectrum analyzer. The maximum
operating frequency of the complete prescaler is designed to be
2.2 GHz for a power consumption of only 7 mA at 2 V.
The frequency synthesizer integrated in the transceiver is
a charge-pump PLL. The phase difference detection is done
with a zero-dead-zone phase-frequency detector (PFD) [7],
whose output pulses control a dual charge pump. To minimize
reference spur generation by the PFD–charge-pump circuit,
the charge-pump current sources are carefully matched and
the charge injection due to transients when the pumps are
switched is minimized. To accomplish this, first the integration
in the first path of the loop filter is done actively to keep the
charge-pump output at a fixed level. Second, the charge pump
current is designed to be at least a magnitude larger than the
fixed parasitic charge injection of the switch transistors. In this
case, the charge-pump current is 4 A. Last but not least, a
timing control scheme is developed to control the charge-pump
switches. The switching scheme is such that the undesired
charge is not injected in the filter impedance, but is deviated
through dummy current branches.
A type-II fourth-order PLL implementation was chosen to
ensure sufficient noise and spurious suppression. For sufficient
phase margin, a low-frequency stabilizing zero is inserted in the
loop filter transfer function. Due to its low-frequency nature,
the capacitance to realize the zero is very area expensive. To be
able to go to full integration, a dual-path filter topology has been
implemented [8] (Fig. 4). Two filter paths, one integration ( )
) are added to reveal a virtual
and one low-pass filter (
zero, without additional capacitance. The frequency of the zero
is controlled by the charge-pump scaling factor . For stability,
the zero is placed a factor 4 lower than the crossover frequency
and
)
of the loop, and the two poles (
that determine the out-of-band suppression are placed a factor 6
higher than the crossover frequency. The resulting phase margin
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TABLE I
PLL PARAMETERS

Fig. 5.

Upconversion mixer transistor structure.

Fig. 6.

RF current buffer with high-pass filter function and the pre-amplifier.

TABLE II
VCO INDUCTOR PARAMETERS

is 57 and the damping factor is 0.77. The open loop transfer
function of the PLL is then given by
(2)
,
,
,
the charge pump current, the division factor, and
the VCO gain.
A PLL model that calculates the noise contributions of the
different PLL elements has been implemented in Matlab [9].
Using the program, an optimization has been performed to determine the values of the loop passive components and the loop
bandwidth. The most important optimization goal is to achieve
the phase-noise specification for DCS-1800 with all capacitance
on-chip. This trade-off is mainly controlled by the charge-pump
(and thus
), and the loop bandfactor , the size of
width. The resulting loop parameters, the loop filter components, and the simulated PLL performance are summarized in
Table I. The total integrated capacitance is only 1.4 nF. The loop
bandwidth of 35 kHz is chosen to satisfy the settling performance, which is simulated using Saber [10]. To comply with the
2-V power-supply constraint, the addition of both filter paths is
performed in the current domain. This gives a sufficient margin
to synthesize the DCS-1800 frequency band, since the VCO’s
tuning range is more than 28% at 2 V [11].
The out-band PLL phase noise is determined by the phase
noise of the VCO. An inductor with a of 9 is integrated in
the standard CMOS process with only two normal-sized metal
layers (M1: 0.6 m and M2: 1.0 m) and a moderate substrate
resistance of 5 cm. The inductor parameters are listed in
Table II. The VCO is designed to drive the polyphase filter
without additional buffering. The resulting phase-noise degradation is simulated to be less than 1.8 dB, while no increase in

with

power consumption. The injection of spurs, generated by the
high-speed digital switching in the prescaler are minimized by
separating the prescaler power supply from other supply lines
and on-chip bypassing. Moreover, isolation buffers are inserted
between the VCO and the prescaler to prevent kickback noise
from entering the VCO LC tank.
As can be seen in (2), the VCO gain determines the open
loop gain of the PLL. To make sure that the loop is stable
and achieve its noise specifications over the complete tuning
range, the VCO gain influence must be stabilized. Therefore, a
three-step equalizer is implemented, which keeps the product
of the VCO gain and the charge-pump current constant within
predetermined ranges. The equalization is done by comparing
the VCO control voltage with voltages generated by a reference
ladder. Schmitt triggers provide the hysteresis necessary to
avoid instabilities.
IV. TRANSMIT PATH
An intrinsically linear transconductance mixer topology has
been selected to convert the baseband and local oscillator signals into a linear high-frequency modulated current. Four nMOS
nonswitching transistors biased in the linear operating region
have been combined to provide balanced quadrature direct upconversion with a single-ended output (Fig. 5). A good understanding and optimization of the impedance degeneration effects on the sensitive mixer nodes is essential to prevent the
signal from being reduced and to guarantee the proper linear
operation. Based on the analysis of the first- and second-order
effects and the short channel effects on the linearity [13], the
transconductance mixer has been designed to have low distortion, intermodulation and LO-feedthrough components.
Fig. 5 also shows the large on-chip integrated capacitors at the
baseband nodes of the mixer transistors. The modulated RF current flows through the capacitors toward ground and not through
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Fig. 7. Quadrature VCO

the bonding wires. The RF signal linearity and amplitude become independent of the bonding wire’s matching and length
as the RF signal remains on chip.
A low impedance is required at the common mixer node
to prevent additional mixing products by the low-frequency
square baseband current component and to minimize the degeneration of the high-frequency component. The buffer used
in this design provides a low impedance at both high and low
frequency and also performs a high-pass filter function on the
mixer current. The transistor schematic is shown in Fig. 6.
The ac coupling in the buffer offers the advantage that this
circuit can be used at a very low supply voltage. Another advantage of this ac-coupled topology is that the dc voltage at
the common mixer node can be chosen quasi-independently
of the optimization of the output buffer, resulting in an important extra degree of design freedom.
Any low-frequency mixing component is compensated by the
pMOS feedback loop, which also sets the dc voltage. The bandwidth and the gain of the LF loop and of the HF ac-coupled loop
have been designed to provide both the required low impedance
and the high-pass filter function. The current buffer, which guarantees correct mixer operation, and the successive output driver
are based on nMOS folding current mirrors. This has the advantage that the power-supply current stays constant. The RF current only flows locally in small loops. In this way, coupling to
other parts of the system through the power supply is prevented.
A major advantage of the folded current mirror structure is
that a good linearity can be achieved with a relatively low dc
current. The distortion components can easily be estimated from
the – characteristics of MOS transistors. For a current mirror
this results in
(4)

and
(5)
The relatively large currents require considerable transistor
widths. Because of the direct relation between the matching performance and the transistor area [14], a good transistor matching
) is achieved. Hence, a relatively low dc/ac current
(low
ratio can be allowed in the pre-amplifying current mirror stages.
The current amplifications are a trade-off between the gain and
the poles at the different nodes. The dc voltages have been designed to be at the same value in the pre-amplifier stages, guaranteeing the same drain–source voltage biases. In this way, optimal linear behavior is achieved.
Each pre-amplifier stage also includes a low-frequency
feedback loop through the pMOS current source transistor. It
determines the dc bias and also suppresses any residual low-frequency signal. The total amplification has been designed to
achieve a 0-dBm output signal in a 50- load.
The upconversion mixer is driven by balanced quadrature signals. The balanced quadrature LO signal is generated by a differential LC-type oscillator and a differential-to-quadrature converting polyphase filter. The second-order polyphase filter has
an – accuracy of more than 35 dB over several hundreds of
megaHertz, resulting in a sufficient safety margin to deal with
technological inaccuracy. A higher order for the polyphase filter
results in a better accuracy and a larger frequency band, but this
is at the cost of a higher power consumption in the buffers. To
prevent the signal loss, which is intrinsically caused by the passive nature of the RC network, the active output buffers provide the LO signal to the mixers. Although the passive RC filter
does not consume any dc power, the buffers that are typically included between the VCO and the polyphase filter are very power
hungry. Therefore, these buffers have been questioned, resulting
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in the overall optimization of the VCO, the polyphase filter, the
mixers, and the pre-amplifier. In this design, the VCO directly
drives the two-stage polyphase filter. The transistor schematics
are given in Fig. 7. The merging of those two building blocks
can be considered as a quadrature oscillator.
Eliminating the polyphase filter’s input buffer has severe consequences on the VCO performance. Two main effects can be
distinguished when analyzing the circuit: the capacitive and the
resistive loading of the VCO by the RC network. The capacitive load determines the oscillation frequency and can easily be
taken into account in the design of the VCO as being part of the
fixed capacitance. The resistive load negatively affects the loop
gain of the VCO and therefore degrades the phase noise. By
taking this effect into account, the nonbuffered VCO–polyphase
combination achieves a phase noise that is only a few decibels
higher than that of the stand-alone VCO. The schematic of the
VCO and the directly driven polyphase filter is given by omitting the source follower in Fig. 7. The cascode transistors in
the output buffer of the polyphase filter select either the up- or
downconverter.
The input impedance of the polyphase filter can be simulated
or calculated. For a given frequency, this series circuit can be
transformed to an equivalent parallel load. The resulting equivalent parasitic capacitance can be considered as a part of the
fixed LC-tank capacitance. This can be taken into account in
the design. The equivalent load resistor has an important effect
on the phase-noise performance. Small resistor values considerably degrade the phase-noise performance. The optimization
of the high-frequency polyphase filter as a buffered sub-circuit
leads to small resistor values in the RC network (in [15] values
of 25 to 35 are used for a 2-GHz circuit). Such low resistor
values can not be allowed in the directly driven topology.
The VCO’s output signal amplitude is no longer restricted to
the source follower’s input swing. The gain in the polyphase
filter can be lowered to get the same signal at the mixers input.
This involves that a lower power consumption in the output
buffers (1 mA) and larger resistors in the RC network can be
used.
In the global transceiver design, the maximum load that has
to be driven by the polyphase filter is limited as the polyphase
filter’s resistor values are inversely proportional to the capacitive load that has to be driven. By reducing the load (i.e., the
mixer transistors!), the resistor values in the filter can be enlarged, which is beneficial for the VCO’s performance. However, making the load by the mixer transistors small reduces
the transconductance gain in the mixers and consequently additional amplification is required in the pre-amplifier. A second
limitation in the downscaling of the load is the matching performance of the mixers. The mixer transistors have been dimensioned to achieve better than 30-dB matching. Increasing the
width improves the matching suppression and signal amplitude,
yet requires smaller resistors in the polyphase circuit, degrading
the VCO’s phase noise. The transistor dimensions have been
optimized to achieve an optimal DCS-1800 transmitter performance, including the VCO phase noise, mirror suppression, and
the total power consumption.
The implemented VCO has been simulated directly driving
a two-stage polyphase filter. In this design, the sum of the re-
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Fig. 8. Simulated phase noise at 600 kHz versus frequency for different values
of R1. The sum of the resistors in the polyphase filter is constant 500 . Best
phase noise is achieved with the largest resistor first.

sistors in the polyphase filter is 500 . In the case where an
input buffer/source follower is used, the value of the magnitude
of the input impedance is important. However, in the directly
driven version, it is not the magnitude of the impedance that is
important. Only the real part of the impedance has an effect on
the phase-noise performance. This results in a different performance depending on how the resistor values are divided over
the network. If the largest resistor values are at the input of the
polyphase filter, the real part of the impedance will be the largest
and the imaginary part the smallest (RC product constant). This
results in a better phase-noise performance. Fig. 8 illustrates this
idea. It shows the simulated phase-noise performance for several
resistor values. The second resistor is designed to 500 minus
.
the first resistor
The figure clearly shows what has been explained in this paragraph. The phase-noise performance is better when the first
resistor is the largest. It can be considered as a kind of passive buffer. In the practical design, the value of resistor is limited by two factors: first. the amplification or signal loss in the
polyphase filter, and second, the additional noise generated by
the resistors.
Fig. 8 also shows a frequency shift between the different simulations. This can be understood from the smaller capacitance
when raising the resistor value. This means that when the first
resistor value is taken large, the additional (fixed) capacitive
load for the oscillator is reduced, which is favorable for both
the achievable oscillation frequency and the tuning range.
A 2-pF coupling capacitance has been used between the VCO
and the polyphase filter to guarantee independent dc operation.
Fig. 9 gives the equivalent parallel resistor and capacitor values
for a 400- /220-fF first stage as a function of the coupling capacitor value. The smaller the coupling capacitance the better
the values for a good phase-noise performance. However, the
value is again limited by the overall gain in the polyphase filter.
If the capacitor is too small, the total impedance becomes large,
resulting in a considerable signal loss. Therefore, also the magnitude of the impedance value by the capacitor is added to the
figure. From this discussion, it has become clear that an optimal
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Effect of the coupling capacitor on the effective parallel resistor and capacitor. The absolute impedance by the capacitor at 1.8 GHz is also shown. (R1 =
; C 1 = 220 fF).

capacitor value can be taken as a function of the phase-noise
performance and the overall gain.
The previous section has made clear that by designing a
system as one entity, the power consuming buffers can be
avoided. The quadrature oscillator, mixers, and pre-amplifier
have been optimized as one building block, trading off output
signal and VCO phase noise against global power consumption. The quadrature VCO has been designed to meet the DCS
specifications, including a minimized phase-noise degradation
due to the polyphase network.
The different design parameters of the traditional building
blocks become closely linked. The transistor size of the linear
nonswitching mixers is, e.g., a trade-off between modulated RF
signal power, matching performance, the quadrature VCO dimensions and phase noise, the amplification in the next stage,
the bandwidth and the global power consumption.
Fig. 10.

Conversion gain in the DCS-1800 band.

Fig. 11.

Input reflection coefficient (S ).

V. EXPERIMENTAL RESULTS AT 2 V
In this section, the measurement results of the integrated
transceiver circuit are discussed.
The conversion gain is measured by supplying the IC with
a 50 dBm RF signal which is swept over the DCS-1800 receive band. Each time, the local oscillator frequency is adjusted
to track the RF signal with a frequency offset of 10 kHz. The
conversion gain of the -channel at maximum VGA gain is
shown in Fig. 10. The gain increases from 54.3 dB at 1.8 GHz
to 54.5 dB at 1.83 GHz, and decreases down to 53.3 dB at
1.88 GHz. The steeper roll-off at higher frequencies and the
somewhat flatter onset of the gain curve is a direct consequence
of the pole on the switch node of the downconversion mixer
shaping the second-order roll-off of the LNA LC-tank. Note that
the gain of the complete low-IF receiver, i.e., the gain from the
vector signal, is anRF signal toward the low-frequency
other 3 dB higher and therefore equals 57.5 dB.
The input reflection coefficient of the receive path is shown
in Fig. 11. The commonly accepted antenna filter termination
requirement of 10 dB is met between 1.65 and 2.1 GHz. The
is even better than 11.5 dB between 1.72 and 1.97 GHz.

The LO leakage is measured by connecting the RF input
terminal to the spectrum analyzer and subtracting 3 dB from
the measured power to take into account the loss of the antenna
filter. The net LO leakage toward the antenna is less than
63 dBm in the DCS-1800 band. The DCS specification only
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Measured spot noise figure versus frequency offset from the LO.

requires the LO leakage to be less than 47 dBm (see the
Appendix).
To measure the noise performance of the receive path, a 50noise source is applied to the input. The differential output of
a single channel is connected to a differential instrumentation
amplifier to convert the output noise into a single-ended signal.
In this way, the noise figure of a single path can be measured.
The noise figure of the complete low-IF receiver can then be
calculated by subtracting 3 dB from the single channel noise
figure. After all, the conversion gain of the complete quadrature
receiver is two times larger than the conversion gain of a single
path. And, on the other hand, it can be shown that the integrated
output noise of the quadrature receiver is identical to the measured output noise of a single path. This is true as well for the
noise contribution of the mixers and the VGA circuits as for the
noise coming from the source and from the LNA. Consequently,
the quadrature low-IF output features a 3-dB improvement in the
signal-to-noise ratio (SNR) compared to the output of a single
low-IF path. And, since the SNR at the input is the same in both
cases, the noise figure improves by 3 dB.
Fig. 12 shows the spot noise figure of the receiver at 1.8 GHz
versus frequency offset from the carrier. The total noise figure
), i.e., resulting from
of the complete low-IF receive path (
integration of the output noise in the 200-kHz positive frequency
band around the 100-kHz IF, is 6.2 dB. The largest part, 3.9 dB,
is caused by white noise. The remaining 2.4 dB is caused by
noise. The white noise and
noise contrilow-frequency
butions are indicated by the dashed lines in Fig. 12. With a noise
figure of 6.2 dB, signals at the DCS-1800 reference sensitivity
level of 100 dBm can be detected with an SNR of 11 dB, which
is 2 dB better than the 9-dB SNR required by the DCS-1800
specification (see the Appendix). Compared to the noise figure
at 1.8 GHz, the noise figure at 1.88 GHz is hardly 1 dB larger.
In [16], a higher noise figure value of 8.2 dB is stated because
only the influence of the image rejection on the LNA noise had
been taken into account.
The image rejection ratio (IMRR) of a receiver is determined
by the amplitude and phase accuracy of the quadrature local
oscillator and by the circuit mismatch between the and
paths. Since circuit mismatch increases with decreasing area,
the worst-case IMRR occurs at maximum VGA gain, i.e., when
the “activated” area of the RC transimpedance bank is minimal.

Fig. 13.

Image suppression (IMRR) at 200-kHz offset from the LO.

0

Fig. 14. Spectrum of a 50-dBm GMSK signal after downconversion to the
100-kHz IF. The VGA control bits are swept to select all gain levels.

The IMRR is accurately measured using the HP89410A vector
signal analyzer. As shown in Fig. 13, the worst-case IMRR
is 32.2 dB at 200-kHz offset from the carrier. The IMRR is
measured at 200 kHz because it is precisely at this frequency
that the tail of the largest adjacent channel—i.e., the channel
at 400-kHz offset from the wanted signal—interferes with
the wanted signal. As derived in the Appendix an IMRR of
32 dB sufficiently suppresses this tail. The measured IMRR
of 32.2 dB is very close to the measured image suppression in
the transmit path (33 dB), which indicates that the limitation
stems from the accuracy of the common quadrature VCO. The
IMRR value of 32.2 dB corresponds to an amplitude accuracy
of 0.3 dB and a phase accuracy of 2.1 .
The measured IP and
values of the receive path are
6 and 26 dBm, respectively, and are independent of the
VGA gain setting. The output capability of a single channel is
while the in-channel input caabout 14.8 dBm, i.e., 3.4
pability ranges from 38 dBm at maximum gain to 20.4 dBm
at minimum gain. Note that the measured intercept point values
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Measured PLL phase noise.
Fig. 18. Measured modulation spectrum compared to ETSI mask, showing
that the region from 1.8 MHz from the carrier on complies well to the ETSI
specs. (100-kHz resolution bandwidth, 1.8-GHz center frequency).

Fig. 16.

The measured PLL settling behavior

Fig. 19.

Fig. 17.

ETSI DCS-1800 mask compared to GMSK TX output.

apply to the complete receive path. If the LNA would be bypassed, which is typically the case when the power of the wanted
signal is high, the intercept points and the input capability immediately improve by about 18 dB.
At the highest VGA gain, the dc offset due to LO self-mixing
and static mismatch is measured to be 1.1 V. As long as the A/D
converters are not overloaded, the dc offset can be accounted for
by putting half a bit extra in the A/D converter.
To demonstrate how the low-IF receiver is used in practice,
a 1.84-GHz, 50 dBm PN9 Gaussian minimum shift keying
(GMSK) signal is applied to the input of the receiver and downconverted to the 100-kHz IF. The VGA control bits are swept in

TX output spectrum with a 45-kHz single-tone LF input.

order to select all the gain levels. The resulting low-frequency
GMSK signal is shown in Fig. 14. All measurements are performed with a resolution bandwidth of 30 kHz, the value that is
generally used in the DCS-1800 specifications.
To measure the PLL frequency synthesizer, an HP signal generator is used as the 26-MHz reference frequency source. Its
low-frequency stability is worse than that of a crystal oscillator, resulting in a slightly higher in-band phase noise for the
PLL. The phase-noise spectrum is plotted in Fig. 15. The phasenoise measurement at offsets higher than 5 MHz is not accurate
due to the delay line of the dedicated phase-noise measurement
system. The measured phase noise is as low as 125.8 dBc/Hz
at 600-kHz offset and 143.7 dBc/Hz at 3 MHz offset, exceeding the DCS-1800 specs with almost 10 dB (see the Appendix). The in-band phase noise is measured to be less than
81 dBc/Hz. The settling behavior of the PLL is shown in
Fig. 16. When synthesizing a 104-MHz step (four prescaler
moduli), the PLL settles to a 100-Hz accuracy in 226 s. This
is faster than half a DCS-1800 time slot, which means that the
PLL meets both the generic and high-speed settling specification (see the Appendix). The spurious suppression is measured
to be better than 84 dBc. The actual spur level is lower than the
noise level of the spectrum analyzer and could therefore not be

1904

Fig. 20.
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Chip microphotograph.

measured. The tuning range of the PLL is 10.5%, which corresponds to eight prescaler moduli. The power consumption of the
PLL is 70 mW from a 2-V power supply. The fully integrated
low-phase-noise VCO is responsible for almost 70% of the total
power consumption. The rather high VCO power consumption
is due to the excellent phase-noise performance and not due to
the extra load of the polyphase filter.
Fig. 17 shows the TX output signal. The GMSK output
spectrum at 1.8 GHz, measured at 30-kHz RBW, is compared
to the European Telecommunication Standard Institute (ETSI)
DCS-1800 requirement mask [17]. Fig. 18 has been added to
show that the noise and the spurious at a larger distance ( 1.8
MHz) from the carrier (measured with a 100-kHz RBW as
required by ETSI) are also achieving the ETSI specifications.
The measured noise floor is in fact limited by the noise of the
baseband quadrature generator. Fig. 19 shows a 45-kHz singletone output spectrum at 1.8 GHz. The mirror suppression is
better than 33 dBc and the LO feedthrough and all spurious
distortion components are below 38 dBc. The measured
output power is 13 dBm in a nonideal 50- load, i.e., including board parasitics, connectors, cables, etc. The difference
between the simulated 0 dBm and the measured 13 dBm is
believed to be caused by a larger on-chip parasitic capacitance
value and by not calibrating out the measurement setup.
Even with the smaller output signal, the DCS-1800 noise and
distortion specifications are met in this chip.
A chip microphotograph of the 15.4 mm transceiver IC
is shown in Fig. 20.The complete circuit at transistor level is
shown in Fig. 21. The total power consumption of the 2-V
0.25- m CMOS transceiver chip is 191 mW (113 70 8) in
receive mode and 160 mW (82 70 8) in transmit mode. The
experimental results of the transceiver at 2 V are summarized
in Table III.

TABLE III
TRANSCEIVER MEASUREMENTS

power amplifier, an antenna filter, and a reference crystal are required to build the complete analog part of a DCS-1800 system.
All building blocks feature circuit topologies that have been
specially designed to operate comfortably at 2 V, despite the relof 0.65 V and pMOS
atively high threshold voltages (nMOS
of 0.75 V). This includes the design of a new CMOS folding
downconversion mixer topology and a new low-voltage current
buffer in the fully-differential-to-single-ended upconverter. To
the author’s knowledge, this is the lowest voltage CMOS RF
front-end published to date. The transceiver IC demonstrates
the capability of achieving the analog performance that is required for the class I/II DCS-1800 cellular system in a standard
2-Metal 0.25- m CMOS process, without the use of extra-thick
metal layers (M1: 0.6 m, M2: 1.0 m).
APPENDIX
DCS-1800 SPECIFICATIONS
A. Noise Figure Requirement [ETS(I) 300 910, GSM 05.05
v.5.4.1 p. 25, 6.2]

VI. CONCLUSION
A 2-V cellular transceiver front-end integrates a receive path
and a transmit path with a complete on-chip PLL on a single
CMOS die, including the loop filter and the LC tank. Only a

The reference sensitivity level of a class I/II DCS-1800
mobile station lies at 100 dBm, measured at the output of the
antenna. In the absence of other signals, this signal must be
detectable with an SNR of 9 dB. So the equivalent input noise
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Topology of the complete transceiver.

power at the antenna input must be lower than 109 dBm.
The contribution of 50- noise power can be calculated as
173.87 dBm 53 dB (integration over the 200-kHz GMSK
bandwidth), and is equal to 120.87 dBm. The noise figure
required at the antenna output is

dBm

dBm

dB

Since the attenuation of the succeeding antenna filter is 3 dB,
the noise figure requirement for the receive path becomes

dB

dB

dB

B. Image Rejection Requirement [ETS(I) 300 577, GSM 05.05
v.5.4.1 p. 26, 6.3]
The IMRR specification for the low-IF receiver is set by the
adjacent channel interference owing to the channel at 400-kHz
offset from the wanted signal. This channel will, after downconversion, become centered around 300 kHz, 200 kHz above
the 100-kHz IF. At 200 kHz, the tail of this adjacent channel directly interferes with the wanted signal and must be suppressed
by ensuring a high enough image suppression. The ETSI specification requires that the reference interference performance
must be met when the adjacent interferer at 400 kHz is 41 dB
larger than the wanted signal. Since the bit error rate (BER) is,
by construction, preserved when the unremovable tail of the adjacent channel at 200-kHz offset from the wanted signal is interfering with the wanted signal, while its power is 9 dB higher
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than the wanted signal, the required image rejection for the adjacent channel at 400-kHz offset from the wanted signal is
dB

dB

At

kHz
kHz

dB
dB

dB

kHz

dBc/Hz
The requirements for the adjacent channel at 200 kHz, which
is directly superimposed onto the wanted signal, are less stringent; The reference interference performance must be met when
this channel is only 9 dB larger than the wanted signal, and must
only be suppressed to the level equal to the co-channel interference specification ( 9 dB), requiring only 18-dB mirror signal
suppression.
C. Spurious Emission [ETS(I) 300 577, GSM 05.05 v.5.4.11
p. 19, 4.3.3]
The spurious power emissions can not be higher than
dBm (20 nW) between 1–12.75 GHz.
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D. Intermodulation Requirement [ETS(I) 300 577, GSM 05.05
v.5.4.1 p. 18, 5.3]
A GMSK signal 3 dB above the reference sensitivity
dBm) must still be detectable
(
with an SNR of 9 dB in the presence of a 49 dBm static sine
and a 49 dBm GMSK signal. Since the nominal loss of the
RF filter is 3 dB, the two interferers that occur at the input of
the receiver are both 52 dBm. The GMSK interferer that is
generated due to third-order intermodulation can under these
conditions not be larger than an equivalent input signal with
the following power:
dBm

dB

dB

dBm

The required IIP to meet this specification is thus (IIP
:
dBm

dB

dBm

dB

The phase-noise requirement of the frequency synthesizer
originates from the downconversion of unwanted signals by
the carrier’s phase noise onto the desired signal, corrupting
the SNR. The most critical unwanted signals that can be
downconverted onto the desired signal are the adjacent channel
at 400 kHz, which can be 41 dB larger than the wanted signal,
the 43 dBm blocking signal at 600 kHz, and the 26 dBm
blocking signal at 3 MHz. The channel width is 200 kHz. The
reference sensitivity level is 100 dBm, but the blocking levels
are defined for “a useful signal at frequency , 3 dB above the
reference sensitivity level.” In order to obtain a SNR of 9 dB
after downconversion for further signal processing, the phase
noise needs to be lower than

dB
dB
dBc/Hz

dB
dB

kHz
(3)

dBc/Hz

Assuming that the phase noise of a frequency synthesizer has a
-20 dB/dec roll-off for the critical offset frequencies, the phasenoise specification at 3 MHz can be calculated to be the most
stringent.
F. In-band Phase-Noise Requirements
The in-band phase-noise requirement originates from unwanted mixing of the phase-noise spectrum by the desired
signal itself. The SNR after downconversion must be at least
30 dB. Numerical convolution has been applied to determine
the noise specification for this frequency synthesizer, i.e., the
in-band phase noise must be less than 80 dBc/Hz integrated
over a bandwidth equal to the channel width.
G. Spurious Suppression [ETS(I) 300 910, GSM 05.0.5 version
5.4.1 p. 22 5.1 and p. 25 6.2]
A spur can be seen as a LO signal for a possible blocking
signal, which is maximally 26 dBm. Under these conditions,
a 97 dBm wanted signal (reference sensitivity of 100 dBm
3 dB) must be detectable with an SNR of 9 dB, resulting in a
spurious specification of 80 dBc.
9 dB

26 dBm

80 dBc

dBm

E. Out-band Phase-Noise Requirements [ETS(I) 300 910,
GSM 05.05 v. 5.4.1 p. 22,5.2 & p. 25,6.2]

kHz
kHz

MHz
MHz

97 dBm

dBm

At

At

kHz

H. Settling Requirements
The settling requirement is determined by the high-level
system requirements for DCS-1800. The PLL must be able
to switch between RX and TX paths in one and a half time
slot. A DCS-1800 time slot is 577 s, setting the settling spec
to 865 s. For the high-speed data communication service of
DCS-1800, the specification is more severe: only half a time
slot or 288 s.
I. Spectrum Due to Modulation and Wideband Noise: [ETS(I)
300 910, GSM 05.05 v.5.4.1, p. 33, Figure A.3: DCS 1800 MS
Spectrum Due to Modulation]
The required GMSK output spectrum of the transmitter is defined in this specification. It has been graphically represented in
the measurement section to compare it with the measured output
spectrum.
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